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Abstract In this paper, a hybrid continuous-time (CT)/
discrete-time (DT) multi-stage noise shaping (MASH)
sigma—delta (XA) modulator architecture for broadband
applications is presented. The double-sampling technique
is employed in the DT second-stage modulator in order to
reduce the power consumption of the overall modulator.
Flat and unity signal transfer functions are used in the first-
and second-stage modulators, respectively, to relax the
output swing of the analog building blocks without influ-
encing the inherent anti-aliasing behavior of the first-stage
CT modulator. The proposed structure is insensitive to the
amplifier limited dc gain of CT stage and avoids the need
of compensation for finite gain-bandwidth induced error in
CT loop filter. As a design example, the proposed MASH
2-2 modulator is designed in a 90 nm CMOS technology
with 1 V power supply. Circuit level simulation results
with HSPICE achieve the maximum SNDR of 74.8 dB and
dynamic range of 76.5 dB in 12.5 MHz bandwidth with
17 mW power consumption while operating at 200 MHz
sampling rate.

Keywords Analog-to-digital converters - XA modulation -
Continuous-time circuits - Switched-capacitor circuits

1 Introduction

Digital communication applications demand analog-

to-digital converters (ADCs) with several megahertz signal
bandwidth and high resolution. Two commonly used ADCs
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in communication systems are pipelined ADCs and sig-
ma-delta (X£A) modulators. Pipeline ADCs are used in
wideband moderate-accuracy applications, while XA
modulators are suitable for high-accuracy applications due
to their inherent immunity to the circuit non-idealities [1].
Nowadays, there is an increasing demand for both higher
sampling rate and higher resolution while not expanding
the power consumption too much. Most of the earlier ZA
modulators are based on switched-capacitor (SC) circuit
techniques, whereas A modulators with continuous-time
(CT) loop filters can potentially achieve higher clock fre-
quency with lower power consumption. Therefore, CT
modulators have received increasing attention over the last
years due to their several meaningful advantages over
discrete-time (DT) implementations [2].

In practice there exist some non-idealities making CT
modulators hard to realize the theoretical systems in an
integrated circuit. Among them are large variations of the
integrator’s time constants, high sensitivity to the clock
jitter and excess loop delay (ELD). Recent approaches have
been drawn to the hybrid XA modulators featuring the
integration of initial stage(s) as CT integrator(s) and sub-
sequent DT integrators in the loop filter [3, 4]. These hybrid
modulators are suitable for high-speed applications. Note,
that if the second stage in a cascaded modulator is realized
as a CT one, the first-stage sampling circuit would see a
resistive input, requiring a low output impedance stage for
the sampling circuit amplifier. But, since this circuit is a SC
one operating at a high sampling rate, the first-stage sam-
pling circuit amplifier must be a fast single-stage design,
and therefore, driving a resistive load would be very diffi-
cult. Mainly, due to this reason, DT integrators are
employed in the later stages of the cascaded modulators [3].

Employing XA modulators in wideband applications
demands using low oversampling ratios (OSRs). Lowering
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the OSR will result in reduction of the modulator’s accu-
racy. Consequently, novel modulator structures are needed
to alleviate the reduction of resolution in wideband appli-
cations. A useful approach for handling DT modulators in
broadband applications is to employ the double-sampling
technique [5]. In this method, the integrator circuit operates
during both phases of the clock resulting in either doubling
the OSR or the available time for settling of the integrators
if the OSR and input signal bandwidth are fixed.

Since the OSR must be restricted to low values in wide-
band applications, a usual design choice in order to achieve
the required dynamic range is to employ multi-stage noise
shaping (MASH) architectures with multi-bit quantization.
These XA modulator topologies circumvent the stability
problems related to the high order loops, but, they are sen-
sitive to the quantization noise leakage caused by mis-
matches between the analog and digital signal processing
parts [6]. Moreover, in CT XA structures, the analog coef-
ficients are realized by some inaccurate RC time constants
which will decrease the modulator’s accuracy. An alterna-
tive A modulator architecture that reduces the sensitivity to
the noise leakage of traditional MASH structures has been
recently presented for DT modulators and called the Sturdy
MASH (SMASH) modulator [7, 8]. This topology replaces
the error cancellation logic required in traditional MASH
modulators by inherent analog filtering of the modulator
stages. This is achieved by simply feeding back the second
stage output to the most insensitive node of the first stage
modulator which is the output of the first stage quantizer.

In this work, a new hybrid CT/DT SMASH modulator is
proposed for low OSR broadband applications. As an
example, a cascaded 2-2 modulator is designed in a 90 nm
CMOS process achieving a maximum SNDR of 74.8 dB
and dynamic range of 76.5 dB over 12.5 MHz signal
bandwidth with 17 mW power consumption. The proposed
SMASH XAM topology employs the double-sampling
technique in the DT second-stage modulator in order to
reduce the power consumption of the overall modulator.

This paper is organized as follows. In Sect. 2, the structure
of the proposed modulator and its system level design are
presented. Several behavioral simulations of the proposed
modulator are reported in Sect. 3. Section 4 presents the
circuit level design of both CT first-stage and DT second-
stage modulators. The circuit level simulation results are
provided in Sect. 5. Finally, Sect. 6 concludes the paper.

2 Proposed XA modulator and system-level design
2.1 Proposed XA modulator

Figure 1 shows the proposed double-sampling hybrid CT/
DT SMASH XA modulator. Ly, L, and E; denote the
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signal loop filter, noise loop filter and quantization error of
the ith stage, respectively. The first-stage is a CT modu-
lator with an m-bit internal quantizer and the second-stage
is a DT one with an n-bit quantizer. In high-speed XA
modulators, the amplifiers are operated near their maxi-
mum bandwidth. In this case, the power consumption
dramatically increases with the sampling frequency. To
reduce the power consumption of the proposed XA mod-
ulator, the double-sampling technique is used in the sec-
ond-stage modulator. The operating frequency of the
second-stage modulator is chosen half of the first-stage
modulator. So, the effective sampling frequency of both
stages are the same and since the operating frequency of
the second-stage is halved with respect to the overall
modulator sampling rate, the power consumption of the
second-stage modulator is reduced.

For the first-stage CT integrators, a simple finite impulse
response (FIR) noise transfer function (NTF) is chosen. The
cascade of integrators feedforward (CIFF) architecture is
adopted in the first-stage modulator, because of the relaxed
output swings and also this scheme has an advantage
of requiring only one multibit digital-to-analog converter
(DAC), compared to the multiple feedback counterpart used
in distributed feedback structures that needs as many DACs
as the modulator’s order. As stated in [2], CT DACs are
sensitive to the clock jitter, so, by reducing the number of
DACs, more insensitivity against clock jitter is reached. The
DT second-stage modulator is also designed in a CIFF
form, because of requiring one multibit feedback DAC.
This would result in reducing the silicon die area and some
power saving.

The signal transfer function (STF) of the first-stage
modulator is designed based on the technique proposed in
[9] in order to achieve a flat STF. CT XA modulators are
considered to be very interesting because of their implicit
anti-aliasing filter. However, while an anti-aliasing filter is
not necessary, still a ‘no-overload’ filter should precede
the modulator to prevent the instability. This filter is
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Fig. 1 Proposed hybrid CT/DT SMASH XA modulator
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required in CT A modulators when the STF has a peak
at the out-of-band frequencies. This causes out-of-band
signals to be amplified, which can corrupt the correct
operation of the modulator and cause the instability. It is
worth mentioning that as analyzed in [9] if a DT modu-
lator is designed with a unity STF [10] and then con-
verted to a CT one, the resulting STF would see a (large)
peak at the out-of-band frequencies where the out-of-band
input signals to the modulator are highly amplified rather
than attenuated resulting in a degraded anti-aliasing
behavior.

Also by employing a flat STF, the output swing of the
integrators is reduced and the effect of amplifiers dc gain
nonlinearity is mitigated since there is little input related
signal at the output of the integrators. Moreover, the
inherent anti-aliasing behavior of the first-stage CT mod-
ulator is not affected by employing this STF. Since the
sampling operation in the CT modulators occurs inside
the loop, the anti-aliasing behavior is achieved by both the
low-pass forward loop and the noise shaping property of
the XA loop preceding the quantizer. As in the unity STF,
the input of integrators does not contain any product of the
input signal, the first attenuation made by the forward
loop filter is missed and a weak anti-aliasing behavior is
obtained. However, since in the flat STF, the input signal is
weakly processed by the integrators, the anti-aliasing
behavior of the modulator is preserved.

As a result of not processing the input signal by the
second-stage modulator, there is an option between
choosing a unity STF and a flat one in the second-stage
modulator. But, since the second-stage STF does not affect
the anti-aliasing performance and the unity STF is a stricter
condition than the flat STF, the unity STF is chosen in
order to achieve low signal swing at the output of second-
stage integrators.

2.2 Design example

As an example, the proposed SMASH 2-2 XA modulator
shown in Fig. 2 is designed and simulated. 3- and 4-bit
quantizers are used in the first and second stages, respec-
tively, in order to achieve more dynamic range. In this
design, the DT NTF(z) is chosen as:

NTF(z) = (1 =z ")? (1)

In [2] the method of equivalent loop filters has been applied
to convert DT modulators into their CT counterpart. The
main idea was to convert every existing loop filter from the
DT to the CT domain. Therewith exactly the same modu-
lator output spectrum could be obtained. The same proce-
dure is followed for converting (1) to its CT counterpart.
Result is the second order, first stage of Fig. 2.
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Fig. 2 Proposed hybrid CT/DT SMASH 2-2 XA modulator

In the proposed design, the DAC feedback pulse shape is
chosen considering the clock jitter sensitivity, required
gain-bandwidth, and slew rate of the opamps. The use of a
decaying waveform minimizes the jitter influence, but the
opamp power is increased due to the higher slew rate
requirement [11]. Therefore, the non-return-to-zero (NRZ)
DAC shape is used for low power considerations and rea-
sonable jitter tolerance. But, it is worth mentioning that
there is a concern when using NRZ waveform that is code
transitions. To alleviate this problem with NRZ DAC,
when a DAC unit element is not selected, that current can
be switched to the amplifier common-mode input voltage
to minimize transient glitches on the DAC current source
outputs [3].

For further reduction of the clock jitter sensitivity, a
multibit internal quantizer is used. Equation 2 shows that
the in-band noise power (IBN) can be reduced with more
internal DAC levels where ag,, Vs, Ty, and Bj, correspond
to the clock jitter standard deviation, input signal full-scale
amplitude, sampling period, and the number of quantiza-
tion bits, respectively. Aygzasp is an activity factor which is
typically equal to 1 in the multibit NRZ DAC shape. This
factor shows the contribution of DAC waveform in clock
jitter sensitivity and is determined and verified by simula-
tions [2].

Vi <0' t) 2A/\/RZ,MB 2)

IBN, = —*5 (L
C (2B — 1)2 OSR

T

Considering NTF(z) in Fig. 2 and to match it with an
FIR one, second stage modulator coefficients are chosen as
a=1and b =1 — g. So, we have:

NTFy(z) =1—(2—g)z ' +772 (3)

Using a linear model for the quantizers in Fig. 2, it can be
shown that the z-domain transform of the modulator output
signal in the ideal case is given by:
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Y(z) = X(2) —Ez(z)w
= X(2) — E»(2) (1—z")1— (j_g)z_l +27

(4)

where X(z) stands for the input signal and E,(z) is the
quantization noise of the second-stage modulator. The
parameter d is chosen to be 4 in this work. Regards to
the selected NTFs, the contribution of the second-stage
quantization error in the overall output is as follows:

12 _ . 1 L
Y(Z)|Ez(z):—(l_z )1t (5 8)z + 77 -

Now a pair of complex conjugate zeros is introduced in the
overall NTF whose location depends on coefficient g. The
optimal value of g to maximize the SNDR is obtained as
follows [6]:

fs/(2xOSR)

Sopt = argmgin ‘(1 — Zfl)z[l -2-gz"!

(6)
+2 7] [df

Assuming z = ¢’ and 0 = 2nf/f;, the optimal value of
g can be found by nulling the first derivative, resulting in:

2sin(37/OSR) — 18sin(27/OSR) + 90sin(/OSR) — (607/OSR)
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Fig. 3 Proposed hybrid CT/DT SMASH 2-2 XA modulator with
some modifications

In other words, the digital adder in Fig. 2 is replaced by
one analog adder realized together by the first integrator
and one digital adder outside of the first stage modulator’s
loop. One can write the equations introduced previously
and find that there is no discrepancy between the modified
version and the firstly presented modulator.

Sort = 24sin(n/OSR) — 3sin(21/OSR) — (187/OSR)

As 1is clear in Fig. 2, the m = 3 and n = 4 multibit
quantizers are used in the first and second stages, respec-
tively. However, note that feeding the second-stage output
back to the first-stage input requires a DAC with double
full scale and one more bit than the largest of the resolu-
tions of the ADCs in the stages in order to account for the
digital summation of the stages outputs if d = 1 [12]. In the
case of d = 4 which is used here, a p = 7 multibit DAC is
needed in the first stage loop filter making its realizations
very difficult. In general, the resolution of this extra DAC
is p = max(m, n + log,(d)) + 1. On the other hand, tight
timings for the quantizer and the digital adder used in the
first-stage loop in Fig. 2 might become impractical for high
sampling rates, especially when the DAC linearization
techniques are needed.

Figure 3 shows a way to solve this problem and also to
avoid the need for an extra high resolution DAC in the first-
stage modulator. The digital adder is replaced by an extra
DAC at the input of the first integrator in the first-stage
loop filter and another digital adder at the final output.

@ Springer

3 Behavioral simulation results

In order to show the effectiveness of the proposed XA
modulator, several behavioral simulations using MAT-
LAB/Simulink are provided in this section. The OSR was
assumed 8 in all simulations. The input signal bandwidth is
12.5 MHz, and hence the sampling frequency is 200 MHz.

One of the most important concerns in MASH XA
modulators is the noise leakage due to the opamp non-
idealities used in the integrators. Figure 4 plots the SNDR
versus the first integrator dc gain of SMASH and equiva-
lent MASH structures while all the other integrators are
ideal. As is seen, the proposed structure is less sensitive to
the opamp limited dc gain, while achieving a high reso-
lution (SNDR = 90 dB). A low dc gain requirement allows
us to use simple single-stage opamps rather than two-stage
ones, leading to more power saving. Behavioral simula-
tions also reveal that the first and second opamps that are
more important than the second-stage opamps need a
bandwidth higher than 1.8 f; and 1.2 f;, respectively. Note,
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Fig. 4 SNDR versus amplifier dc gain of the first integrator

that as mentioned in [13], CT MASH structures need more
bandwidth than the above mentioned values even after the
error compensation of this non-ideality. So, the use of
SMASH structure results in reduced bandwidth require-
ments and omitting the need for compensation for finite
gain-bandwidth induced error in CT loop filter.

As stated before, the double-sampling technique is used
in the second-stage DT modulator. It should be noted that
any mismatch between the sampling capacitors in the
double-sampling technique produces an unwanted noise
which is folded into the in-band frequencies. Hence, the
SNDR is degraded. This is the main drawback of the
double-sampling modulators. Several techniques have been
proposed to alleviate the quantization noise folding such as
one proposed in [14]. But, since in this work the effect of
the sampling paths mismatch is attenuated by noise shaping
property of the first-stage modulator, the double-sampling
approach is efficiently employed in the proposed modulator
without requiring any additional technique to alleviate the
mismatch problem. The SNDR degradation of the proposed
modulator is negligible since as shown in Fig. 5, there is
less than 1 dB SNDR degradation even with a 0.5%
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Fig. 5 SNDR degradation versus the sampling paths mismatch

mismatch between the sampling paths of the second-stage
integrators.

Figure 6 shows the anti-aliasing behavior of the pro-
posed ZA modulator. In these simulations, a —6 dBFS
sinusoidal signal added with a —20 dBFS noise tone at
fs — (BW)/4 was applied to the input of the modulator. As
is clear, the proposed cascaded modulator which uses a flat
STF in the first-stage has the same anti-aliasing behavior
where a flat STF is not employed. In other words, the anti-
aliasing behavior of the first-stage CT modulator is com-
pletely preserved while using a flat STF in the first-stage
modulator. Note that, if a conventional unity STF is
employed in the first-stage modulator, the anti-aliasing
behavior of the modulator is degraded. As shown in this
figure, the CT STF has an out-of-band peak after designing
the DT STF as unity and then converting it to a CT one
unlike the flat STF.

As illustrated in Fig. 7, the integrators output swing in
the proposed XA modulator are much less than the refer-
ence voltage level due to the usage of a flat STF in the first-
stage and a unity STF in the second-stage modulators. This
makes the proposed £A modulator more feasible in low
supply voltage nanometer CMOS technologies.

Fig. 6 Anti-aliasing behavior 20
of proposed XA modulator
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CT ZA modulators suffer from a problem not seen in DT
designs that is nonzero delay between the quantizer clock
edge and the time when a change in output bit is seen at the
feedback point in the modulator known as ELD. ELD may
cause the modulator to be unstable [15]. In order to mini-
mize the ELD problem, one of the viable solutions is to
reduce the delay of the loop comprising of the quantizer
and the DAC. This is accomplished with the help of a high
speed comparator embedded in the quantizer in order to
reduce the quantizer delay. The ELD problem is analyzed
using behavioural simulations. With the delay of 0.37
which is 1.5 ns in this design, the modulator doesn’t show

Fig. 9 The circuit
implementation of CT first-
stage modulator

5.6pF

any degradation in its noise shaping property as shown in
Fig. 8. Consequently by using a high speed comparator, it
is not necessary to compensate for this effect which will
result in some power saving in the overall modulator.

4 Circuit level design
4.1 Continuous-time first stage design

The proposed modulator is designed in a 90 nm CMOS
technology. It operates at a clock frequency of 200 MHz
with a 1 V power supply. The amplitude of the differential
reference is 1 V. Firstly, the design of CT first-stage is
introduced and then the building blocks of second-stage
DT modulator are described. Figure 9 shows the CT first-
stage modulator’s circuit diagram. The value of integrating
resistors and full-scale current DAC are chosen based on
their intrinsic noise effect on the modulator’s dynamic
range. The procedure of reaching these values will be
explained later. The implementation of this modulator
involves the circuit design of the loop filter with active-RC
integrators, 3-bit flash quantizer, passive adder, and a
current-steering feedback DAC. The design of these blocks
is described in this sub-section.

4.1.1 Loop filter

The second-order loop filter of this design is implemented
with CIFF architecture as shown in Fig. 9. There are three
types of commonly used CT integrators: active-RC inte-
grators, G,,-C integrators and MOSFET-C integrators. In
this work, the first-stage CT modulator uses active-RC
integrators rather than G,-C and MOSFET-C integrators
for its superior linearity, simplicity, parasitic insensitivity
as well as the overall power consumption [2]. The ideal
transfer function of an active-RC integrator is given by:

oL
Is) = ki s sRC (8)

Vin- Vout1-

[T

2.75pF %
\ Vout1 -
o W > > O o
+ + + Voue- | Passive 5 +
Vi, 900Q g Vout
= + —> + —>Vout2+ adder 5 =
o Wh - > o 0
Voutt+ =
Ln—’ L —i— {1
2.75pF 5.6pF 1pF
Vin+ Vout1+

Current steering |
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where f; is the sampling frequency and k; is the integrator
feedforward gain. Assuming the amplifier dc gain is very
high, the input nodes of the opamp closely meet the virtual
ground condition, so that the input resistor R performs a
linear V/I conversion. Performance limitations result from
the limited linearity of the V/I conversion (here the resistor
R). A total harmonic distortion (THD) less than —90 dB
can be achieved using integrated polysilicon resistors in
active RC integrators [2]. Although it seems that the line-
arity and noise requirements on the second integrator is
more relaxed when compared to the first one, but, because
of using a low OSR in this work, the second integrator is
also implemented as an active-RC one. However, one of
the most important concerns in active-RC integrators is the
large process variations in CMOS technology which can
result in large RC time constant uncertainty, and hence,
resulting in the system performance degradation consider-
ably. In order to solve this problem, an on-chip automatic
RC tuning circuit is necessary. This can be done by using
the master—slave capacitor array tuning scheme presented
in [16]. In this method, each integration capacitor in the
loop filter is realized as a tunable capacitor with a binary-
weighted capacitor array and is digitally controlled by a
master RC tuning block.

Figure 10 shows the first-stage active-RC integrator.
A multibit current-steering DAC is used in this design.
Each current cell contains a cascode current source and a
pair of current switches controlled by feedback thermom-
eter digital codes. Two bias current sources inject common
mode currents to prevent a common-mode offset from
appearing at the amplifier virtual grounds. As discussed
later, a simple folded-cascode opamp is chosen to satisfy
the required characteristics of amplifiers used in the
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Fig. 10 First active-RC integrator with current-steering DAC
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Fig. 11 Folded-cascode operational amplifier

presented modulator (Fig. 11). Each part of the integrator
of this figure will be discussed in a separate sub-section.
But, first of all, the modulator front-end noise analysis is
performed in order to clear how the value of integrating RC
time constants and current-steering DAC are calculated.

4.1.2 Modulator front-end noise analysis

As the device noise at the modulator front-end is not
attenuated, it is a limiting factor in the total input referred
noise of the XA modulator. There are three noise sources of
the front-end including (1) noise of the two input inte-
grating resistors, (2) thermal and flicker noise of the
opamp, and (3) noise of the current-steering feedback DAC
to the virtual grounds of the opamp.
The total IBN of the two input resistors is as follows:

V2 = 8kTR;, Af ©)

where k represents the Boltzmann constant and is 1.38 X
1072 J/K, T represents the absolute temperature and Af is
the input signal bandwidth. In this design, the value of
input resistors are chosen to be 900 Q, generating a thermal
noise power about 91.3 dB lower than the full-scale input
signal. As mentioned later, the sampling frequency is
200 MHz. So, using Eq. 8, this will result in a value of
5.6 pF for the first integrating capacitor.

As the thermal noise generated by second integrating
resistor is attenuated when referred to the input of the
modulator, its value is not as important as the first inte-
grating resistor. This resistor is chosen to have a high value
in order to reduce the integrating capacitor of the second
integrator. This will cause the opamp used in this integrator
see a low capacitor load and so reaching a desired gain-
bandwidth obtained with lower power consumption. As
shown in Fig. 9, the second integrating resistor has a value
of 5 kQ, resulting in 1 pF integrating capacitor.
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The input referred noise, including thermal and flicker
noises, of the opamp shown in Fig. 11 can be expressed as:

—5 1 gm34 + &mo.10 Kp
V2 = 8kTy + 8. T .-
(gmll 3%11,2 (WL)l,zcoxf
Ky Sraa Kp
512

(WL)3,4CwJ 812

2
8m9.10
(WL)9,10Coxf gr2n1,2
(10)

+2

The total in-band thermal noise equals to:

e 1 8m34 1 8m9,10
V2 . =8kTy + == — | Af 11
Jth <gml 2 g%ﬂ,z ( )

and the total in-band flicker noise is given by:

— K K o
Vt%z 1/f =2 z + = g2 -
’ (WL)1,2C0xf (WL)3‘4CMf 8m12
Kp 8,2119,10

+

1 max /Jmin 12
(WL)g,locwcf 8,2111,2> i fin) ( )

In the above equations, Kp and Ky represent the flicker
noise coefficients of the pMOS and nMOS transistors,
respectively. y is an excess noise factor used in the thermal
noise modeling of transistors [17] and f;,.x and f,i, are the
indicator of input signal bandwidth.

The rules for reaching low thermal noise are considered
in this design. For example, large input devices are used to
increase the transconductance of transistors in order to
reduce both amplifier thermal and flicker noises. The large
device size also reduces the input offset voltage.

Looking at one single current cell in the DAC shown in
Fig. 10, the major thermal noise is from transistor M.
Thermal noise from M,, M3 and M, are greatly attenuated
because of the source generation. The total in-band thermal
noise power from M, can be expressed as [18]:

. 2
B e (13)

Gs — Vi)
where (Vgs — Vrp) is the overdrive voltage of the nMOS
current source transistor, R;, is the first integrating resistor
and Ipac is the DAC full scale current. Given T = 300°K,
Vgs — Vta = 0.2V, Ipaci = 0.888 mA and Af = 12.5
MHz, the total in-band thermal noise power of the first
stage DAC would be 84 dB lower than the full-scale input
signal. Since the Ipascr = (1/d) Ipaci, the in-band thermal
noise power of the DAC from the second stage to the input of
the first stage would be 90 dB lower than the full scale input
signal. Note, that the full scale current of the first stage DAC
(Ipact) is calculated using the equation expressed in [3] as:

Vs —Vrs 2Vpg
Ipac = - = 14
pac ( R in Rin ) Rin ( )

@ Springer

4.1.3 Operational amplifiers

Eliminating all digital noise cancellation filters makes the
SMASH structure less sensitive to the opamp limited dc
gain compared to the traditional MASH scheme. System
level simulations shown in Fig. 4 show that 25 dB opamp
dc gain is sufficient to provide 90 dB SNDR. To add a
safety margin for process and temperature variations, the
opamps with 35 dB open loop dc gain are designed. The
folded-cascode opamp shown in Fig. 11 is chosen to satisfy
the required dc gain. Transistor sizes are chosen in a way
that their intrinsic noise do not restrict the dynamic range
of the modulator. PMOS devices are used for the differ-
ential input in order to comply with the low common-mode
voltage used in this design and also because of their lower
flicker noise coefficient than nMOS transistors [17]. Based
on the simulations, the input-referred noise (including both
thermal and flicker noises) power of the first opamp is
41.6e — 12 V2, 103.8 dB below the full scale input signal
power. In contrast to MASH structure where high gain
opamps result in two-stage or gain-boosted topologies with
increased power dissipation, in SMASH architecture a
single-stage opamp with no additional gain boosting tech-
nique allows low-power low-voltage operation and results
in a simple design. A fast continuous-time common-mode
feedback (CMFB) circuit shown in Fig. 12 is used to set
the output common-mode voltage of the opamps to the
desired value. The CT CMFB is designed to be faster than
the main OTA. The value of R is chosen to be 20 kQ in
order not to limit the output impedance of the amplifiers.

Figure 13(a) shows the bias circuit [19] for the folded-
cascode opamps. This circuit forces the g;,’s of transistors
in the bias circuit to depend only on geometric ratios and
R.y. Therefore, the g, of transistors in the opamp is
insensitive to the temperature and process variations.
A start-up circuit shown in Fig. 13(b) is needed to avoid
the stable zero-current state of the bias circuit. As the
transistors My, and My, in start-up circuit are always on,
their dimensions are chosen to be very small.

Fig. 12 CT CMFB circuit
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Fig. 13 a Bias circuit and b start-up circuit [19]
4.1.4 Feedback current DAC and calibration

The first-stage DAC is implemented by a current-steering
DAC for its high-speed potential operation. All the current
source transistors are cascoded to increase the output
impedance. Current switch transistors are always operate in
saturation region to provide an additional level of cascod-
ing to further improve the output impedance.

Even though this DAC has a 3-bit resolution, but, its
linearity must exceed the overall modulator’s accuracy.
The linearity requirement of current DACs is as tight as
first active-RC integrator. Any nonlinearity of DAC will
introduce to the distortion or raise the noise floor of the
entire modulator. Usually two techniques can be employed
to enhance the linearity of DACs: self-calibrated current-
steering technique (SCCS) [20] and data weighted aver-
aging (DWA) algorithm [21]. The DWA circuit increases
the ELD in CT modulators. When the sampling rate is high,
this phenomenon is very apparent. Another disadvantage of
DWA circuit is its complexity, compared with easy
implementation of SCCS algorithm. So, the SCCS tech-
nique is very suitable for low OSR and wideband CT
modulators. An extra spare current source is needed in this
method, not to interrupt the operation of the DAC. All the
current sources, including the spare one, are calibrated one
by one continuously and periodically by the same reference
current source.

Besides the current calibration, there are several design
issues involved in current-steering DAC and all of them
need to be carefully studied and addressed in order not to
adversely affect the DAC performance. One of them is the
glitch at source node of M3 and M, in the DAC switching

transistors (Fig. 14(a)). If for a period of time both M5 and
M, are turned off, their source node will drop significantly
and then rise back to its normal value when one of the
switches is turned on. This glitch can cause long settling
times of the output current. The delay and the shape
deviation from its idealities in the output current will
change the transfer function of the DAC. As a conse-
quence, the modulator performance may be degraded. To
prevent clock feedthrough and charge injection through
switch transistors, high-crossing low-swing switch drivers
are used to drive the current switches. To generate high-
crossing, low-swing digital signals, a full-pMOS driver is
used as shown in Fig. 14(b). The high level and low level
of the output signals, 0.9 and 0.3 V, respectively, are
carefully chosen to make sure that the switches can be fully
turned on/off with sufficiently low unwanted clock feed-
through and charge injection.

4.1.5 3-Bit flash quantizer with passive adder

The 3-bit flash quantizer used in the first-stage modulator
consists of a resistor-based reference ladder and eight
clocked comparators. Each clocked comparator is com-
posed of a preamplifier, a regenerative latch and an SR
latch. In order to speed up the comparator circuit, latches
with two regenerative branches [22] are used (Fig. 15). The
dynamic operation of this circuit is divided into the reset
and comparison intervals. At the reset interval, ¢, is low,
transistors Ms and Mg are “off” and p-channel precharge
transistors My and M;, are “on”. Therefore, both the
p-channel flip-flop nodes, formed by M, and Mg, are
charged up to the power supply voltage level, and
n-channel flip-flop nodes, formed by M5 and M,, are dis-
charged to the ground level through n-channel input tran-
sistors. When ¢; goes high, charging current starts to flow

To the virtual 0.9v 0.9v
ground of
vc utp Vn atn
oD,
TO the TO the
DAC mpufs DAC inputs

i"'r.outn vouLD

0.3V 0.3V

(b)

o—»| Low-swing high | —»
crossing signal
generator

(=)

()

Va

—p

Fig. 14 a Current-steering DAC cell, b full-pMOS driver, and ¢ high
crossing low-swing signal generator
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Fig. 15 Latch circuit used in the comparators [22]
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Fig. 16 Preamplifier circuit

from the p-channel side to the n-channel flip-flop and the
latching mode is started. Since the output of the latch
maintains the final voltage less than half of the clock per-
iod, an SR latch is used to convert it to the rail-to-rail value
and then sustain for the full clock period.

Figure 16 shows the low-voltage preamp used in this
design. A simple topology that does not need any CMFB
circuit is chosen for this purpose. The main design con-
siderations of the preamplifiers are: (1) sufficient gain to
attenuate the latch offset when it is referred to the input of
the comparator, (2) large bandwidth during the amplifica-
tion phase avoiding any significant delay or attenuation on
the main input signal and (3) offset storage and cancella-
tion scheme to meet the offset requirement of the com-
parator. A switched capacitor summer shown in Fig. 17 is
used in front of each preamplifier to add the input signal
and output of CT integrators. It is critically to reset the
preamplifier in order to minimize the memory effects [23].
To eliminate this effect, the preamplifier is reset in every
clock period. The network of three sampling capacitors
used in this adder performs two functions. Firstly, it adds
the signal Vi, + Voo 4+ 1.5V, — Vi passively and, sec-
ondly, the input sampling capacitors are used to store the
preamp offset during the reset phase, ¢,, and to subse-
quently cancel it during the amplification phase, ¢;.
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Fig. 17 Passive adder and comparator circuit used in the first-stage
modulator (shown as single-ended for simplicity)

4.2 Second stage implementation

The third and fourth integrators are realized in a form of
delaying and delay-free integrators, respectively. The third
integrator shown in Fig. 18 uses the double-sampling
technique. This DT integrator works with sampling fre-
quency of 100 MHz, but as the result of using the double-
sampling technique, the effective sampling rate is
200 MHz. Output signals of the third integrator are fed into
the inputs of the fourth integrator. Also outputs of the
fourth integrator is fed back to the third one in order to put
the in-band zeros at the optimal places. The fourth inte-
grator also uses the double-sampling technique with
100 MHz sampling clocks (Fig. 19). Folded-cascode
opamps are also used in these integrators. Since the thermal
noise of the DT second stage modulator does not restrict
the dynamic range of the modulator and to minimize the
load on the amplifiers, small size capacitors are used. ¢,

Cs32 4,
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¢22 CDAC2 ¢12_

N\
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(/5 b
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_ L
Cs31/Ciz=d=4
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¢22 ¢]2
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Fig. 18 DT third integrator (shown as single-ended for simplicity)
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Fig. 19 DT fourth integrator

and ¢, are two non-overlapping clock phases with
100 MHz frequency.

Since no active adder was used in the front of the first-
stage quantizer, the first stage quantization error extraction
is done at the input of the second loop using the output of
the first-stage quantizer, input signal and the output of first-
stage integrators. A conceptual block diagram is depicted
in Fig. 20. Shown in Fig. 18, the signal Vg, is the quanti-
zation noise of the first-stage modulator and it is extracted
as shown in Fig. 20. As the result of handling a unity STF
in the second-stage modulator, an active adder is required
in order to realize the adder of the second-stage in Fig. 20.
A simple implementation for this adder is adopted (see
Fig. 21). This adder works with a sampling frequency of
100 MHz. As the output of integrators in the double-
sampling technique are valid in both phases, two active
adders with the opposite phases are used in this design. In
this figure, only one path can be seen from the input of the
adder to its output, but, in the actual implementation,

x(t)

\ 1/d
d\

Y2(2)

Fig. 20 First-stage quantization noise extraction
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CF ¢12
%( —I—

L1 -
Vin ¢22 > Vout
¢22 Il += °
_"_

-
cho chi

l cho

Fig. 21 Active adder used in the second-stage modulator

different paths are used. The different feedforward gains
are realized with different capacitor ratios. The fourth
integrator opamp is also used in the active adder circuit.
Outputs of this adder are fed to the second-stage quantizer.
The same latches as the first-stage are used in the second-
stage quantizer.

It is worth mentioning that the mismatch between the
passive adder in the first-stage modulator and the active
adder used in the second-stage modulator can degrade the
overall SNDR. If this mismatch is denoted by ¢, then the
first-stage quantization noise is firstly attenuated by (1 — &)
and then leaks to the output after experiencing the first-
stage modulator noise-shaping effect. In this regard, the
SMASH modulator is similar to the conventional MASH
one. Nonetheless, this issue is not more important in this
design, since the targeted resolution is not so high and a
moderate matching will be sufficient to achieve more than
13 bit accuracy.

5 Simulation results

In order to verify the validity of the proposed design,
HSPICE simulation results are provided. For calculating
the parameter SNDR, 32768-points FFT is used with a
Hann window [6]. The output spectrum plot for —8 dBFS,
122.0703125 kHz input signal is shown in Fig. 22. Note

0 T T T TTT1TT TTTT
vl [SNDR=82.2dB o
o 32768 points FFT using Hann window v
-A40F - 1T 11T T 1 122.0703125 kHz, - -8 dBFS sin input on
o R R
T -80r-i-riirmiff-d--racrnATro- oo TnT g
8 P o
I [ RN 1 I I
O 1200 -4-F =AY - - ARy
I [ RN I I I
1 [ RN I 1 1 1
1 [ RN 1 1 1 1
-160'\/‘/N(J it a b ] Rl R et St B e auh
[ 1 L 1 1 [N 1 1 e
I S S S R R

Frequency (Hz)

Fig. 22 Output spectrum excluding the circuit noise (TT at 27°C)
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Fig. 23 SNDR versus input signal level

Table 1 Simulated performance summary (—8 dBFS sinusoidal

input)

Parameter TT at 27°C FF at —40°C SS at 85°C
SNDR (dB) 73.8 74.2 71.9
Power consumption (mW) 17 15.3 19.4
Power supply voltage 1V

OSR 8

Input signal bandwidth 12.5 MHz

Table 2 Noise contribution of modulator’s building blocks (TT at
27°C, input signal power = —11 dBV)

First-stage integrating resistor 373 x 107'°Vv?  —94.3 dBV

Opamp noise 416 x 107" v —103.8 dBV

First stage DAC 199 x 107° V> —87.0 dBV

DAC from the second-stage 498 x 107'°V?  —93.0 dBV
to the first-stage input

Quantization noise + distortion ~ 4.82 x 1071°V?  —932 dBV

that in the HSPICE simulations, only the quantization noise
is considered. The SNDR versus the input signal power
level is plotted in Fig. 23 for seven different values. In this

plot, the thermal noise of all modulator building blocks are
also considered. The achieved dynamic range is around
76.5 dB (12.4 effective number of bits). The overall per-
formance of the simulated modulator is summarized in
Table 1 for three different process/temperature corners.
The modulator achieves a peak 74.8 dB SNDR over
12.5 MHz signal bandwidth with an OSR of 8. It dissipates
17 mW power from a 1 V supply. The noise contribution
of all building blocks are summarized in Table 2 for typical
corner case at room temperature.

To evaluate the performance of the proposed modulator
in the context of several state-of-the-art wideband
(>7.5 MHz) modulators, the following figure of merit
(FoM) is employed:

FoM = Power/(2 x BW x 2ENOB)

(15)

It takes the relation of overall power consumption over
modulator resolution and input signal bandwidth. The
smaller the FoM value is, the better the overall perfor-
mance is. Table 3 lists the performance of several recently
published wideband £A modulators. As is seen, this work
is among the best published ones to date. It should be noted
that although the reported results for the presented sigma—
delta modulator are based on HSPICE simulation results
while most of the other modulators are implemented on
chip, but, its outstanding FoM verifies its performance as a
good candidate for broadband and low-voltage applications
and it is also expected a better FoM to be achieved from the
measurement results.

6 Conclusions

A new hybrid CT/DT SMASH XA modulator was pro-
posed. The double-sampling technique was employed in
the second-stage which is a DT modulator. Since the
double-sampling scheme was utilized in the second-stage,

Table 3 Performance

. References CMOS process/ Modulator BW Power FoM
compartson supply resolution (bit) (MHz) (mW) (pJ/conversion)

[24] 0.18 pm/1.8 V 11.7 10 7.5 0.11
[251* 0.13 pm/1.5 V 10.8 15 70 1.31
[26]* 0.25 pm/2.5 V 10.3 20 32 0.63
[271* 0.18 pm/1.8 V 8.8 20 18 0.87
[28] 0.09 pm/1 V 12.2 25 16.4 0.069
[291* 0.18 um/1.8 V 11.1 23 42.6 0.41
[301* 0.11 pm/1.1 V 10.1 10 5.32 0.24
[317* 0.18 pm/1.8 V 11 25 48 0.47
[32] 0.18 pm/1.8 V 12.9 10 355 0.235
This work 0.09 pm/1 V 12.4 12.5 17 0.124

? Measurement results
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the proposed modulator has much less sensitivity to the
sampling paths mismatch of double-sampled SC circuits.
The output swing requirement of the integrators was
relaxed by employing a flat STF in the first-stage and a
unity STF in the second-stage modulators without any
sacrificing the inherent anti-aliasing behavior of the first-
stage CT modulator. As a design example, a wideband
modulator is designed in a 90 nm CMOS technology. It
achieves 76.5 dB dynamic range and 74.8 dB maximum
SNDR with a signal bandwidth of 12.5 MHz while oper-
ating at 200 MHz sampling rate and consuming 17 mW
power from a single 1 V supply.
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